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Abstract—In this paper, we report the development of a
full-chip, three-dimensional, shapes-based, resistence–inductance–
capacitance extraction tool, which was developed as part of a uni-
versity–industry collaboration. The technique of return-limited
inductances is used to provide a sparse, frequency-independent
inductance and resistance network with self-inductances that
represent sensible “nominal” values in the absence of mutual
coupling. Mutual inductances are extracted for accurate crosstalk
analysis. The tool exploits high-capacity scan-band techniques and
disk caching. Accuracy is validated by comparison with full-wave
finite-element field solvers.

Index Terms—Inductance, interconnect modelling, parasitic
extraction.

I. INTRODUCTION

WITH technology scaling, on-chip frequencies are in-
creasing as device values exceed 50 GHz. In digital

integrated circuits, slew times are being driven below 50 ps,
corresponding to frequency content approaching 10 GHz. For
many nets, the clock being the most notable [1], inductance
must be included to accurately predict rise and fall times and
delays in timing analysis. If an inductive net is overdriven, an
underdamped ringing response can be observed, which can
result in functional failure in receiving circuits or produce
reliability problems through gate oxide stress. Moreover,
inductive coupling, along with capacitive coupling, can be a
significant source of noise on quiet nets due to the switching of
nearby perpetrators.

In analog integrated circuits (ICs), on-chip frequencies for
wireline and wireless applications are also pushing beyond
10 GHz, in optical communications circuits [2] and in RF
circuits [3]. On-chip inductance extraction techniques have
already been applied to spiral inductors [4]–[6], but on-chip
transmission lines are finding places in both distributed
feedback amplifiers [7] and oscillators [8]. Increasingly, the
parasitic inductance of on-chip interconnect is also becoming
a concern.
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High-frequency interconnect analysis has traditionally
been relegated to full-wave Maxwell’s equations solvers.
Field solvers, such as Ansoft’s HFSS, which find broad use
in the microwave community, solve the differential form of
Maxwell’s equations with volume discretization and finite-ele-
ment techniques. By contrast, boundary-element techniques are
integral-equation-based solutions, which rely on discretizing
the sources. Method-of-moment-based solvers [9], such as
Agilent’s Momentum, are widely employed in the microwave
community. In the IC and package communities, integral-equa-
tion-based solution are popularly represented in terms of
partial-element equivalent circuits (PEEC) which can be solved
with circuit simulation engines [10], [11]. If the coupling dis-
tances are short, relative to the wavelength (that is, the distances
between conductor segments that are magnetically or electri-
cally coupled), then the quasi-static approximation applies and
no retardation is necessary in the analysis [12]. Fast integral
equation solvers have been developed to provide accurate
electrostatic, magnetostatic, and full-wave integral equation
solutions [13]–[15]. Such solvers, while achieving high accu-
racy, are still very slow, except for the smallest problem sizes,
and the resulting formulations are still intractably dense for
large designs. As a result, parasitic extraction engines, which
compromise some accuracy to achieve full-chip capacity, are
being pushed to provide quasi-static high-frequency extraction
capabilities. That is, the extractors are being extended to add
inductance to the more familiar resistance and capacitance
effects. This is the focus of the work described in this paper.

Full-chip extraction engines generally use pattern matching
and interpolation from look-up tables to calculate capacitance,
look-up tables that are generally calculated with use of fast
integral equation solvers. Capacitances have very strong geom-
etry dependence. Therefore, considerable care is necessary to
achieve accurate values. The extracted capacitances are intrin-
sically sparse because capacitances are very “short-ranged.”
Electric field lines effectively terminate on the closest conduc-
tors and more distant couplings are negligibly small. Physically,
these small capacitances can be discarded without any effect
on the passivity of the resulting network.

Inductances, by contrast, have relatively weak geometry
dependence, allowing for accurate calculation with relatively
simple analytic formulas. Magnetic coupling, however, is
dense, leading immediately to circuit-level intractability for
large problem sizes. The inductance matrix is dense physically
because magnetic fields induced by a current can spread much
further and must be “terminated” by eddy currents induced in
nearby conductors. Furthermore, the partial inductance formu-
lation is mathematically dense. Partial inductances are defined
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by flux areas that extend to infinity. Physically meaningful loop
inductances are only obtained when the more distant flux areas
are “cancelled” out by distant partial mutual inductances. Small
mutual inductances cannot be discarded without disrupting the
passivity of the network [16].

There have been two recent approaches proposed to “spar-
sify” the inductance problem, each with its own advantages
and disadvantages [17]. The first approach recognizes that the
inverse of the inductance matrix (variously called the ele-
ment [18]1 and the susceptance matrix [19]) is mathematically
“local;” that is, one does not have to combine many distant
couplings to obtain a physical answer. As such, as for the case
of the capacitance matrix, elements can be discarded without
disturbing the passivity of the network. While the formulation
is now mathematically sparse, the problem is still physically
dense and the approach provides no mechanism for determining
the interaction window size. The most significant disadvantage
of the technique, however, is that existing simulation tools
(and designer intuition) are based on the concept of inductance
rather than “inverse inductance.”

An alternative to the inverse-inductance approach is the ap-
proach of return-limited inductances [20], [21], which is em-
ployed in the Assura RCX-PL extraction engine [22] described
here. In this technique, the power-ground network is used to
divide the chip into interaction regions. This approach recog-
nizes the fact that power-ground nets are always available as
fail-safe high-frequency current returns so that eddy currents in
most cases will not be induced significantly beyond the nearest
power-ground nets. The power-ground network is modeled im-
plicitly in this approach with the power-ground nets acting as
virtual ground planes. By “implicitly,” we mean that an equiva-
lent RLCK network is generated for the signal lines, which in-
cludes the effects of the power-ground lines without requiring an
explicit network representation of these wires, a situation which
could easily result in an intractable analysis.

Because whether the inductance of a given line is important
depends, in general, on the entire line and its environment in-
cluding the driving and receiving circuits, it is often difficult
to know a priori all of the nets that need this consideration.
This is much the same problem associated with a “selective-net”
approach to detailed resistance and capacitance extraction, and
most modern design methodologies have embraced “full-chip”
analysis and extraction for interconnect [23], [24]. For induc-
tance extraction, this puts the burden on the extractor to include
inductance only where it is electrically significant. More details
of this are presented in Section IV.

In this paper, we describe the practical details of im-
plementing return-limited inductance modeling [21] into a
full-chip extraction engine, validated with careful comparisons
with full-wave finite-element field solvers. In addition to the
basic implementation, we describe a number of features that can
be selectively enabled by the user to achieve higher accuracy at
the expense of longer extraction and analysis runtimes:

1The use of the termK element was perhaps a poor one since SPICE already
defines a K element as simply a (normalized) mutual inductances. We use this
definition of K in this paper.

• Consideration of eddy current losses in the power-ground
network. Earlier return-limited inductance extraction ap-
proaches [21] ignored eddy current losses in the power-
ground distribution. This assumption is frequently not jus-
tified because high-frequency current returns may choose
more resistive return paths through power-ground lines to
minimize inductance, resulting in a higher effective resis-
tance for the line. We show how these effects can be con-
sidered while preserving the implicit nature of the extrac-
tion as described above.

• Consideration of nonuniform current distributions in
wires due to skin and proximity effects. At 20 GHz,
the skin depth in aluminum wires is approximately
0.7 m. For coplanar structures, proximity-effect current
crowding along the width of the wire at high frequencies
is also a concern. There is a common misconception that
these current crowding effects for coplanar structures
are significant when the wire width is greater than the
skin depth; when the wire width is much greater than the
wire thickness, these crowding effects actually become
important at higher frequencies than predicted by the skin
depth. Skin and proximity effects can be modeled within
the context of the implicit network representation if the
user seeks this level of accuracy.

• Consideration of eddy current losses in the substrate. In
the metal-rich environment of digital ICs, eddy current
loss in the substrate is not a concern because the on-chip
power supply is always available as a lower impedance
current return than the silicon substrate. In analog de-
signs, however, this may not always be the case since
routed power-ground distributions are more common and
a sparse metal environment is often present in which the
silicon substrate (particularly if an epitaxial substrate is
used) may be the lowest impedance current return, often
at the cost of considerable resistive losses. In general, this
will be a concern only in the case of heavily-doped epi-
taxial substrates, which are commonly employed (partic-
ularly for digital design) for latch-up immunity. The user
may choose to consider such substrate eddy current losses
while preserving implicit extraction.

In the case of high-substrate resistivities, capacitances termi-
nating on the substrate result in displacement currents in the sub-
strate which can pick up additional resistive losses on their way
to be collected by substrate plugs. Furthermore, capacitances to
the substrate can become frequency-dependent since at higher
frequencies, electric field lines will generally extend further into
the substrate before terminating on charge, resulting in smaller
capacitances. Modeling this would require a detailed resistance
and capacitance extraction of the substrate along with the inter-
connect extraction. In this case, explicit modeling of the sub-
strate would be required and only small problem sizes in which
high accuracy is required could be accommodated. As a result,
we do not model these effects in Assura RCX-PL.

Section II reviews the idea of return-limited inductance
extraction, including modeling eddy current losses in the
power-ground network and modeling skin- and proximity-ef-
fect current crowding in the wires. A multilayer Greens’
function approach to model eddy currents in the substrate is



SITARAM et al.: FULL-CHIP, 3–D SHAPES-BASED RLC EXTRACTION 713

described in Section III, while Section IV considers how the
concomitant frequency dependence of the inductance and re-
sistance resulting from implicit eddy-current loss mechanisms
and current crowding is handled with frequency-independent
elements with an equivalent ladder network fit. Implementation
details in Assura RCX-PL are considered in Section V, along
with filtering approached employed to limit extraction com-
plexity. Section VI presents comparison of Assura RCX-PL
extraction results with full-wave solution. A larger example is
also presented to demonstrate the performance and capacity of
the tool. Section VII concludes the paper.

II. RETURN-LIMITED INDUCTANCE EXTRACTION AND

POWER-GROUND EDDY CURRENT LOSS MODELLING

Practical inductance extraction (through a set of meaningful
approximations based only on geometry) must provide a
sparse inductance and resistance network with self-inductances
that represent sensible “nominal” values in the absence of
mutual coupling. Eddy current losses in the substrate and
power-ground should be handled implicitly for tractability
and the concomitant frequency dependence that comes with
this implicit treatment modeled with frequency-independent
elements to maintain compatibility with SPICE simulation.
Return-limited inductance extraction achieves all of these
goals. We refer the reader to [20] and [25] for details on the
technique, but we review the aspects of the approach most
important to its implementation here.

A. Return-Limited Inductance Extraction

In return-limited inductance extraction, the power-ground
network of the chip is used to divide the interconnect into a
set of disjoint interaction regions. Self-inductances are defined
by loops formed with the nearest parallel power-ground lines.
Signal lines within an interaction region are magnetically
coupled as loop inductances, and signal lines contained in two
different interaction regions do not couple. In this approach,
the power-ground lines are implicit in the extraction and when
losses in these lines are considered, the resulting signal-line
models acquire a frequency-dependence because the exact
distribution of current in the power-ground lines (and the
associated eddy current losses) become frequency-dependent.
At low frequency, low loss (but high inductance) current distri-
butions are assumed, while at high frequency, low inductance
(but high loss) current distributions are assumed.

We note than an important part of full-wave analysis is
understanding the interplay of displacement, conduction,
and eddy currents, and this analysis involves the simulta-
neous quasi-static PEEC extraction of the signal lines and the
power-ground distribution. In this context, to get a truly accurate
analysis of the high-frequency behavior of the power-ground
nets one must correctly model the wires of the distribution
as well as all the sources of on-chip decoupling capacitance.
Depending on the amount of on-chip decoupling, package
modeling might also be necessary. The resulting extraction and
analysis easily become intractable. A better approach to handle
large problem sizes (and that taken in return-limited inductance
extraction) is to assume that the power-ground distribution has

been well-designed and has a very low impedance compared
to the signal lines being analyzed. For power-supply integrity
considerations, this is achieved in practice with power-ground
grid structures and adequate decoupling capacitance. With the
assumption of a low-impedance power-ground distribution,
we can ease the full-wave requirements on the power-ground
distribution by treating capacitances to power and ground
lines as capacitances to ideal ground. Furthermore, eddy
currents induced in the nearest neighbor power-ground lines
can be “sourced” from the power-ground distribution with zero
impedance.

Within Assura RCX-PL, then, a given interaction region con-
sists of a set of “clusters,” each containing a signal line and
its associated parallel power-ground lines (referred to as the
power-ground aggregate), which define the return-limited loop
self-inductance for the signal line. These clusters are then mag-
netically coupled to each other. Two such clusters are shown in
Fig. 1(a). In this example, each cluster consists of a signal line
and power-ground return and is characterized by an appropriate
set of segment resistances and partial inductances. The current
flowing through the signal line of the th cluster is given by ,
giving a voltage drop of . The current flowing through the

ground returns of the cluster is given by . Each cluster is
also augmented (not shown in Fig. 1) by a “pseudoreturn” to
crudely model all of the (low-resistance, but high-inductance)
current returns outside the interaction region; this enables a fre-
quency-dependent transition from a dc resistance defined only
by the resistance of the signal line (power grid is lossless at dc)
to a high-frequency resistance defined by returns confined to the
interaction region. Low-frequency inductances are not correctly
modeled, but they have no significance in determining intercon-
nect response. The segment currents and voltages, independent
of the cluster partitioning, are related by an impedance matrix

(1)

where , given by . as the resistance matrix, is di-
agonal. is the dense matrix of partial inductances.

Let be the (net) current in the power-ground
lines of a cluster. The vector of the currents, one for each
cluster, is given by . and are the signal-line voltages and
currents, respectively. From the assumption of a low-impedance
power-ground distribution [shown by the shunts across the
power-ground nets in Fig. 1(b)], we see that

(2)

where is an incidence matrix. Each column of corresponds
to a signal line or a power-ground line; each row of corre-
sponds to a signal line or power-ground line aggregate in one
cluster. The th column of B is all zero except for the ones in
rows corresponding to the same signal line or the aggregate con-
taining the power-ground line.

Inverting the current-voltage relation yields

(3)

Solving for yields

(4)
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Fig. 1. Interaction-region cluster defined by a set of signal lines and the
associated power-ground lines.

yielding the equivalent impedance matrix of the signal lines in
the interaction region [as shown in Fig. 1(c)]

(5)

where is an incidence matrix. Each column of corresponds
to a signal line or aggregate of power-ground lines; each row of

corresponds to a signal line. The element of the th column
and th row of is 1 if the column and row correspond to
the same signal line; it is 1 if the column corresponds to the
power-ground aggregate and the row corresponds to the associ-
ated signal line of the same cluster. Equation (5) is effectively a
“double-inverse” operation, dominated by the time taken to per-
form the LU factorization of . Restricting the interaction re-
gion size is essential for extraction performance. In Section IV,
we show how this (frequency-dependent) impedance is repre-
sented in the SPICE extracted netlist.

B. Geometry-Based Inductance Matrix Decomposition

In return-limited inductance extraction, interaction regions
are created with simple, geometry-based matrix decomposition
rules, which we refer to as halo rules [20], [21]. A horizontal
wire segment is one in which the current flow is known to be
horizontal, while a vertical segment is one in which the current
is known to be vertical. The halo of a segment consists of the six
semi-infinite subregions shown in Fig. 2. The horizontal halo
(for current flow in the direction in this case) consists only of

Fig. 2. Halo of a given segment consists of six semi-infinite regions.

regions , , , and , while the vertical halo (for current
flow in the direction) consists only of regions – . Clearly,
the terms “horizontal” and “vertical” are interchanged when the
design is rotated 90 degrees. The halo rules must, therefore, be
invariant under such an interchange.

The halo rules are given as follows.

• Horizontal and vertical signal line segments are treated
independently since they do not inductively couple to each
other. Segments with horizontal currents can only couple
inductively with other segments with horizontal currents.
Similarly, vertical segments can only couple inductively
with other vertical segments.2

• Horizontal halos of power and ground are “blocked” by
horizontal signal segments while vertical halos of power
and ground are “blocked” by vertical signal segments. If
the halos are viewed as columnated beams emanating or-
thogonally from each face of a segment, then blocking
occurs whenever these beams are interrupted by another
segment.

• Inductive coupling between two horizontal segments is
nonzero if and only if it is possible to connect two seg-
ments by a path which does not cross the horizontal halo
of any ground or supply line. Similarly, inductive coupling
between two vertical segments is nonzero if and only if it
is possible to connect two segments by a path which does
not cross the vertical halo of any supply or ground line.3

These halo rules divide the chip interconnect into a collection
of disjoint horizontal interaction regions defined by the non-
blocked horizontal halos of the power and ground distribution.
Horizontal segments must be contained within the same hori-
zontal interaction region to inductively couple. Independently,

2This means that the extraction can be done in two separate “passes,” one to
extract the horizontal segments and one to extract the vertical segments.

3Since when doing vertical signal line extraction, for example, we only need
to consider vertical halos of ground or supply lines and these halos can only be
blocked by vertical signal segments, horizontal signal segments do not have to
be considered at all.
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the chip is also divided into a collection of disjoint vertical in-
teraction regions defined by the nonblocked vertical halos of
the power and ground distribution. Similarly, vertical segments
must be contained within the same vertical interaction region
to inductively couple. The halo rules define the “baseline” for
inductance sparsification. Assura RCX-PL allows interaction
regions to be merged under user control when greater accu-
racy is required or structures problematic for the halo rules are
encountered.

C. Modeling Skin and Proximity Effects

Nonuniform current distributions across wire cross sections
are handled with a well-known volume filament decomposi-
tion [26]. The conductor cross section is divided into several
filaments, each treated as a separate conductor. Equation (5)
continues to define the equivalent impedance matrix. In this
case, while each row of still corresponds to a signal line or a
power-ground lines aggregate in one cluster, a column of may
corresponds to a filament of a signal line or a power-ground line.
Volume-filament decomposition results in larger and ma-
trices, producing longer calculation times. The dimensions of

and matrices remain the same. The additional frequency
dependence in resulting from this skin and proximity-effect
modeling is also represented in the ladder networks introduced
in Section IV.

III. MAGNETOSTATIC SUBSTRATE LOSS MODELLING

In metal-sparse environments with heavily-doped (epitaxial)
substrates, it is occasionally necessary to model eddy current
losses in the substrate. Such a metal environment is not ex-
pected to be common for digital designs but may characterize
analog designs with routed power-ground distributions. There
are two basic modeling approaches one could take. One could
mesh the substrate based on a volume filament approach [27],
modeling the substrate as (in general) a coupled RLCK mesh
(i.e., a full PEEC model, tantamount to a full-wave solution
within the quasi-static approximation [10]) The advantage of
this technique is that it is very accurate since all 3D effects can
be handled (e.g., differences in substrate effects due to well dif-
fusions and the influence of well or substrate plugs). Substrate
losses can be accurately modeled in both the electrostatic and
magnetostatic problems, and their interactions are also modeled.
The main disadvantage to this approach, despite its accuracy, is
that extractions will be “clogged” with complex substrate net-
works. As in the case of explicit treatment of power-ground, it
will quickly result in a computational intractable problem for all
but the most trivial problem sizes. An alternative is to treat the
substrate implicitly by means of a Green’s function treatment
and combine this with the implicit power-ground treatment of
return-limited inductance extraction.

To consider substrate effects, we return to Maxwell’s equa-
tions. Ignoring the displacement term (quasi-static approxima-
tion), the magnetic field is determined by

(6)

Fig. 3. Multilayer substrate. Metal layers are routed in layer 0. y = 0 defines
the substrate-oxide interface.

where the current density , where is the
applied current density. The (time-harmonic) fields are related
to the scalar and vector potentials by

(7)

(8)

Using (7) and (8) (and Coulomb gauge) in (6) yields the fol-
lowing relation for the magnetic vector potential:

(9)

If we can assume the substrate is well plugged to a
low-impedance power-ground distribution, it can be regarded
as an equipotential and the last term on the right-hand-side of
(9) can be ignored. All of the voltage induced (magnetically) in
the substrate is dropped across the resistance of the substrate
(or equivalently, the eddy currents of the substrate are sourced
losslessly). With this assumption, capacitances to the substrate
can be regarded as capacitances to the ideal ground reference, as
is done for the case of capacitors coupled to the power-ground
distribution. This leads to an implicit treatment of the substrate
that is equivalent to that applied to the power-ground nets.
This treatment ignores losses as displacement currents in the
substrate are collected by plugs. The solution of (9) may then
be written in integral form as

(10)

where is the Green’s function, found by solving the
following equation:

(11)

From (10), the Green’s function allows one to calculate the mag-
netic field at the field point as a result of a current at the source
point .

Multilayer Green’s functions techniques are well known
[28]–[30]. If one assumes a multilayer substrate stretching
horizontally to infinity as shown in Fig. 3, then axial symmetry
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applies and (11) can be reduced to a two-variable problem
in cylindrical coordinates. Because this treatment assumes a
uniform two-dimensional (2-D) substrate profile, three-dimen-
sional (3-D) features such as substrate laminations sometimes
used to reduce eddy current losses cannot be modeled. The
spectral-domain transform can then be reduced to a one-di-
mensional Hankel transform [31]. We instead choose to keep
the Green’s function in Cartesian coordinates because we
compute the filamentary inductance in the spectral domain,
where axial symmetry no longer applies, before computing the
transformation to spatial coordinates with a 2-D fast Fourier
transform (FFT). This provides us with a mechanism for a quick
precharacterized look-up table for determining inductances
directly in the presence of a uniform multilayer substrate.

If the source point ( , , ) and field point ( , , ) are in
the top oxide layer, denoted as , it is straightforward to
show that the Green’s function between points in layer 0 can be
expressed as the double integral

(12)

where . is the conductivity of
layer and is the permeability of free-space (all the materials
are assumed to be nonmagnetic). and are coefficients
determined by satisfying the appropriate boundary conditions
at each material interface. This follows from similar derivations
for the electrostatic problem [28], [29].

As shown in Fig. 3, defines the oxide-silicon inter-
face. To satisfy the requirement that the Green’s function re-
main bounded as , , . Furthermore, if the
bottom layer of the substrate (layer M) extends to ,

, and .4 With being the y-distance to the
interface between substrate layers and , the values of
and can be found from the recursive formula

(13)

where the elements of are given by

(14)

and , are expressed as

(15)

(16)

4For very high-resistivity substrates, one could argue that the backside of the
wafer must be modeled, for example, as an ideal ground place. If the backside
were at y = �D, this would require that the Green’s function (and the magnetic
field) vanish for y < �D. We choose to model the substrate as infinitely thick
in our context because of the presumption that other interconnect layers would
always be present as a favored current return over a backside groundplane.

Fig. 4. Geometry and spacings of the coupled filaments.

We have found this formulation to be numerically robust.
We now use this multilayer Green’s function to derive the

partial inductance for filamentary segments (“dressed” by the
presence of the substrate). The current density of a filamentary
current at , , in the direction
is given by

(17)
Fig. 4 shows the geometry of the source filament and coupled fil-
ament for this calculation. Combining (10), (12), and (17) yields
the following expression for the magnetic vector potential

(18)

Computing the mutual inductance to another filament at ,
, (see Fig. 4)

(19)

yields

(20)

Equation (20) explicitly applies to filamentary currents. To
extend this treatment to wires of finite cross section, we exploit
the geometrical mean distance (GMD) approximation [32]. A
volume filament decomposition as discussed in Section II is
used to handle nonuniform current distributions. In the free-
space case, and and this inte-
gral can be done exactly, to yield the well-known inductance
formula of Grover [32].
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We can approximate the integral of (20) by enclosing the
and dimensions in a box of dimensions and , re-

spectively. Furthermore, we grid the substrate in and , so
the , , , , , and are integral multiplies of the grid
spacing . After some trigonometric manipulations, the sum-
mation becomes

(21)

where is given by:

(22)

Defining as

(23)
(21) becomes

(24)

can be efficiently calculated by means of a FFT by cre-
ating an extended sequence from as follows:

(25)
With this, is given by

(26)

For metal layers, FFTs are calculated as part
of technology characterization (i.e., they only need to be cal-
culated once and do not degrade the computational efficiency
of the extraction engine) to provide look-up tables for to
allow calculation of according to (24). It is well known that
a fine enough gridding must also be chosen (smaller and more
points in FFT) to cover adequate spectral content to achieve
reasonable accuracy. This is particularly true for small values
of for which, has a (logarithmic) singularity. For the
results presented here, we have chosen as 0.25 m and a
maximum interaction region size of 256 256 m, requiring
a 2048 2048 FFT. We postprocess the FFT with a cubic-order

Fig. 5. Ladder network for a signal segment.

interpolation formula [33], which allows us to achieve several
percent accuracy down to the smallest filament spacing required
for self-inductance calculation in the GMD approximation. This
allows us to avoid the complexity of alternate solution tech-
niques in the near field, the approach that is generally taken in
more accurate field solvers [30].

IV. LADDER NETWORK

To model the frequency dependence of (5), including the ad-
ditional frequency dependence due to substrate effects as repre-
sented by the “dressed” inductances of (21), a ladder network
as shown in Fig. 5 is introduced for each signal line branch. The
elements, in this case, are frequency-independent, making the
extracted netlist compatible with SPICE simulation.

Representing all signal branches within an interaction
region, the current components become vectors, where each
element of the vector corresponds to a different signal line.
Consequently, , , , are matrices. has
off-diagonal elements, resulting in transresistances modeled
in SPICE as current-dependent voltage sources. Physically,
this models the common-return crosstalk since the signal
lines share the same “lossy” implicit current returns. We note
that RL ladder networks have been employed in the past to
model proximity [34] and skin effects [35]. Note that the
network of Fig. 5 generalizes prior approaches by offering a
coupled equivalent circuit representation including both mutual
inductances and transresistances.

The impedance matrix of this reduced net-
work is given by where and

. In the high-frequency limit,
this ladder network yields inductance and resistance matrices
given by

(27)

(28)

Similarly, in the low-frequency limit

(29)

(30)

We seek a wide-band fit of (5) to the ladder network over the
frequency range from zero to a user-specified . Because
the current distributions are uniform across the wire cross-sec-
tions at dc and there are no substrate eddy current losses at dc,
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Fig. 6. Example to test the ladder fitting.

(5) yields the following expressions for the dc resistance and
inductance

(31)

(32)

is the diagonal resistance matrix and is the dense matrix
of partial inductances for the segments of the interaction region.
Expressions for the high-frequency resistance and inductance
come from evaluating (5) at

(33)

(34)

The fitting can now be performed trivially. determines
, determines , determines , and determines
. Specifically, and
The ladder model parameters are also used to formalize

a simple set of filter criterion used to generate ladder
networks only where necessary and to remove inductors
from nets, on which they are electrically insignificant. If

, then inductors are removed for
segment of the interaction region. The norm is defined
as the 2-norm [36] of the vector corresponding to the th
row (or column) of the matrix . If or

, then the ladder is filtered for segment
and a simple R–L model is used. It should be noted that more

aggressive filtering would be achievable if it were possible to
analyze the entire net, including its capacitance and the driving
and receiving circuits. This is not easily done within the context
of an extraction tool.

We use a simple example as shown in Fig. 6, consisting of an
interaction region with two signal lines and two ground lines,

to demonstrate the accuracy of the fitting procedure. is
chosen as 20 GHz in this example. The dashed rectangles are
not included in the vertical interaction region because they are
horizontal or they are blocked out by vertical halos. We use tech-
nology parameters that correspond to the top-level metal in a
TSMC 0.25- m CMOS process; skin and proximity effect mod-
eling is included but this example does not include substrate
loss. Fig. 7 compares the resistance and inductance values that
come from direct evaluation of (5) with those that result from
the ladder network fit. and represent the resistance
of signal line and the transresistance between and , re-
spectively. and represent the inductance of and the
mutual inductance between and , respectively. The fit is
reasonable and representative of a larger set of testcases exam-
ined; better fits can only be achieved with more complex net-
work representations.

V. ASSURA RCX-PL IMPLEMENTATION

Assura RCX-PL is derived from the GOALIE2 shapes-pro-
cessing engine described elsewhere [37], [38]. In this section,
we give a brief overview of the software architecture as it has
evolved in the base Assura RCX system and discuss the exten-
sions to support inductance extraction in RCX-PL.

The Assura RCX system consists of a number of separate pro-
gram modules which operate on geometric information (rectan-
gles) stored in edge files. Other binary files are used to store ele-
ments such as transistors (device files), capacitors (capacitance
files), and resistors (resistance files). A simplified data flow dia-
gram of the system is shown in Fig. 8. The blocks to the left show
the basic system, which makes extensive use of disk caching
and intermediate files to handle large data volumes. An input
GDSII file is processed through the layout versus schematic
(LVS) engine to generate a set of edge files and device files,
which contain the extracted layout of the input GDSII. The re-
sistance extraction program (rex) modifies the edge files with
cuts for capacitance distribution and generates the resistance
files. Current directions identified by rex in these edge files are
used to identify horizontal and vertical segments in inductance
extraction. rex also associates terminals with certain rectan-
gles or collections of rectangles in order to define the connec-
tivity of the resulting netlist. These terminals could exist any-
where within a rectangle, but there is at most one per rectangle.
The modified edge files are then passed to the capacitance ex-
traction module, which generates a capacitance file. The device
files, resistance files and the capacitance files are then input to
the SPICE netlist generator which generates a SPICE netlist for
the design.

lextract module. The blocks in Fig. 8 enclosed in dotted
lines are the modules we have added in this work to support
inductance extraction. The edge files after resistance extraction
are passed as input to the interaction region generation program
(lextract) which is responsible for applying the halo rules
described in Section II, dividing the chip into disjoint hori-
zontal and vertical interaction regions. A “scanband” approach,
commonly employed in capacitance extraction and layout
verification, is used in lextract. The width of the schanband
is chosen to accommodate the largest interaction region size,
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Fig. 7. Comparison of the impedance of the fitted ladder network with the actual impedance of (5). The solid curve is the exact result; the dashed curve is the fit.

Fig. 8. Assura RCX-PL architecture. The modules in the dotted box are added to support inductance extraction.
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as generally determined by power-grid pitch. lextract
produces two interaction region files. The horizontal (vertical)
interaction region file contains a geometric specification of
the interaction region and all the horizontal (vertical) signal
and power-ground lines contained in the interaction region.
A left-to-right scan produces the vertical interaction region
file. To produce the horizontal file, lextract is run as a
second pass with the input rectangles resorted and transposed
to effectively perform a bottom-to-top scan. The interaction
region geometry is specified on each metal layer with a set
of rectangular subregions. To ensure that this specification is
unique, the subregions are defined in a vertically dominant
way. By this, we mean that every horizontal side of a subregion
will constitute part of the interaction region boundary.

Following lextract, the inductance calculation is imple-
mented with two engines regcal and wirecal as shown in
Fig. 8. There are also various other secondary modules in the
flow to sort and merge intermediate files.

regcal module. Acting one interaction region at a time,
regcal divides nets into smaller rectangles based on a set of
fracturing rules and calculates , , , and as de-
fined in (31)–(34) for each interaction region. This information
is represented in the microinductance file noted in Fig. 8.

Signal and power-ground conductors are fractured to define
the clusters described in Section II. There are three successive
fracturing steps for the signal lines. (We reference all of our
discussion to the vertical interaction region file. The horizontal
interaction region file is independently processed in a similar
manner.)

• If a rectangle overlaps the horizontal boundary of a subre-
gion, then it is divided into two rectangles by the boundary.
Rectangles outside the current interaction region are dis-
carded, since they will be analyzed as part of the adjacent
interaction region.

• If a signal rectangle overlaps one of the ends of a power
rectangle in the vertical direction (in other words, if
the -value defining the end of the power rectangle lies
between the values of the two ends of the signal rec-
tangle), then the signal rectangle is divided into two rect-
angles by the -value of the end of the power rectangle.
This effectively breaks signal lines when their associated
power-ground “environment” changes.

• Every terminal divides the associated signal rectangle into
two rectangles.

Fig. 9 is an example illustrating the fracturing process. One
signal rectangle in the original interaction region is divided into
six segments, two of them discarded. Breaks and are cre-
ated by the boundary of subregion 2. is created by the end of
a power-ground rectangle. is formed by the terminal of the
net. All of the signal line fractures are then projected onto the
power-ground lines. Based on these fractures, each signal rec-
tangle has associated with it a set of parallel power-ground rect-
angles in the interaction region overlapping it in the -direction.
Note that the same power-ground segment may be part of mul-
tiple clusters even though it appears once in .

In addition to , , , and , the microinductance
file contains the midpoint of each associated signal rectangle

Fig. 9. Example illustrating the fracturing rules.

Fig. 10. Example showing how “micro-inductances” are combined.

and its net label, information required by wirecal, which
“reduces” the inductance matrix to match the terminals in the
resistance file created by rex and then performs the appropriate
ladder network synthesis. This reduction preserves the netlist
“bookkeeping” infrastructure of the RC extractor. Resistance
extraction is controlled with a requirement on the maximum
number of squares between breaks to ensure an adequate
lumped-element approximation for inductance modeling.

wirecal module. A simple congruence transformation is used
to convert into , the impedance matrix that corresponds
to the branches defined by rex

(35)

Each column of corresponds to a segment in the microinduc-
tance file, while each row of corresponds to a segment as
defined by rex. The th row of is all zero except for ones
in columns corresponding to segments which combine to form
the associated rex segment. To determine , simple geom-
etry operations are used to determine which microinductance
segments must be combined to constitute the rex-determined
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Fig. 11. Simple testcase to consider the efficacy of ground returns in shielding magnetic coupling. (a) Base testcase consists of two signal lines and two ground
lines (drawn with solid boundaries). (b) Self and mutual inductance for the base testcase. (c) Self and mutual inductances in the presence of a third ground lines
on the same metal layer between the two signal lines (solid lines are exact results, while the dashed lines are the Assura RCX-PL results). (d) Self and mutual
inductances in the presence of a third ground line that is on first-level metal between the two signal lines.

branches. In general, a single terminal as created by rex may
be associated with several connected rectangles. The result may
be an “L” shape (as in Fig. 10) but will not be a “T”, “+”, or
“U” shape. Each net has one and only one terminal, and every
rex-defined branch is between the terminals of two nets. Two
bounding boxes are used to determine which segments must be
combined for a branch as shown in the example of Fig. 10. Each
bounding box is defined by the location of the terminal of the as-
sociated net and the joint location, the point at which the shapes
associated with each of the two nets adjoin. Every rectangle la-
beled with the same net number as the terminal whose midpoint
is contained within the associated bounding box is combined.
In Fig. 10, four such rectangles are associated with the connec-
tion between net1 and net2. The gray rectangles (outside the
bounding boxes) are not included.

With the matrix so determined, the microinductance file
matrices are then transformed accordingly

(36)

(37)

(38)

(39)

These transformations reduce to simple addition of appropriate
matrix elements of the original matrices to form the elements
of the new matrices. These values are then used to synthesize
ladder networks as described in Section IV. Filtering techniques,
also described in Section IV, are used to simplify the resulting
network. The result is resistance and inductance files, which are
combined with capacitance and device files for netlist genera-
tion as shown in Fig. 8.

VI. RESULTS

The block sparsification of the inductance matrix in re-
turn-limited extraction is based on the efficacy of ground lines
in “screening” magnetic coupling. To address the accuracy of
this approximation, consider the testcase of Fig. 11(a). Two
ground lines and two signal lines—2- m-thick, 4- m-wide,
and 10 m apart, representing the top metal layer of a five-layer
metal process—have the self-inductance and
mutual inductance shown in Fig. 11(b) as a
function of the distance between the two signal lines. Fasthenry
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Fig. 12. Simple GSG coplanar waveguide structure with a metal ground plane.

Fig. 13 Simple GSG coplanar waveguide structure running over the silicon substrate.

[14] and Assura RCX-PL offer indistinguishable results in
this case. In Fig. 11(c), we add an additional ground lines,
also 4 m wide, between the two signal lines on the same
metal layer. In this case, the solid lines indicate the Fasthenry
results5 and the dashed lines indicate the Assura RCX-PL
results. Assura RCX-PL in this case is using the new ground
line to break the magnetic coupling between the two signal
lines . The actual mutual inductance of
almost 0.6 nH/cm is therefore ignored in this approximation,
but this is only 10% of the self-inductance value in this case.
Assura RCX-PL slightly overestimates because of the
consideration of only two of the three ground lines for each
signal lines in determining the self-inductance. The interaction
region approximation in this testcase gets slightly worse when
the ground line between the two signal lines is moved down to
the first metal layer (4- m-wide and 1- m-thick) in Fig. 11(d),
but the ignored mutual inductance still remains approximately
10% of the self-inductance.

Correct validation of the extraction approach presented here
requires comparison with full-wave analysis because of the
complex interactions of eddy currents, conduction currents, and
displacements currents. We have developed a set of two-port
ground-signal-ground (GSG) coplanar waveguide structures of
the form shown in Figs. 12 and 13. The structure of Fig. 12
contains a metal ground plane not present in the structure of
Fig. 13. These structures are simple enough to enable full-wave
solution with Ansoft’s HFSS engine, a finite-element solver,

5These results are indistinguishable from Assura RCX-PL results in which a
single interaction region is user-specified. That is, the “center” ground line is
not allowed to divide the problem into two interaction regions.

Fig. 14. Equivalent model for transmission line.

yielding S parameters. Ports are defined at the near-end and
far-end. We similarly calculate the S-parameters from Spectre
simulation of the Assura RCX-PL SPICE netlist.

Since these structures are long enough to be considered ho-
mogenous, we extract four distributed transmission line param-
eters as shown in Fig. 14 from the S-parameters. , , , and
correspond to the series resistance, series inductance, shunt ca-
pacitance, and shunt conductance per unit length, respectively.

These circuit parameters can be extracted from the propa-
gation constant and characteristic impedance of the line,
which can be extracted from the S parameters according to the
relationships [39]

(40)

and

(41)

where

(42)
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Fig. 15. Extracted resistance and inductance per unit length for Example 1.

In (40) and (41), is the length of the structure, and is the
reference impedance for the S parameters (usually 50 ). and

are determined as follows:

(43)

(44)

We use these and values to compare the accuracy of Assura
RCX-PL with full-wave analysis in HFSS.

A. Example 1. Coplanar Structure With Metal Ground Plane

The first example is a grounded coplanar waveguide struc-
ture as shown in Fig. 12, where m, m,

m, m, m, m,
m, m, and m. The metallization is

aluminum, and the dimensions are typical of the top two metal
layers in a TSMC 0.25- m process. The structure is 5-mm long;
the two ground lines are connected with the ground plane every
500 m with vias. Due to the shielding action of the ground
plane, the substrate has negligible effect on the signal line char-
acteristics. is chosen as 20 GHz for the Assura RCX-PL
extraction.

The and values for Example 1 are shown in Fig. 15.
HFSS indicates the HFSS result. “RL w/o ladder” is the
return-limited Assura RCX-PL result without consideration
of power-ground losses and skin and proximity effects. “RL
w/ladder” is the return-limited Assura RCX-PL result with
consideration of power-ground losses. “RL w/ladder, skin
effect” is the return-limited Assura RCX-PL result with
consideration of power-ground losses and skin and proximity

effects. Both resistance and inductance show better agreement
with HFSS as loss mechanisms are added into the Assura
extraction. Including the ladder network and the skin effect are
essential to good agreement between HFSS and Assura in the
high-frequency resistance. HFSS and Assura disagree in the
dc resistance because Assura includes a pseudoreturn to drive
the dc resistance to that of the signal line alone (modeling the
more distant returns that inevitably exist in any real power
distribution). HFSS sees only the coplanar ground returns
given, even at dc. One could argue that Assura is “more accu-
rate” than HFSS because it has a more “natural” view of the
power-ground distribution. We comment that the HFSS results
require in excess of 18 hours of compute time. The extraction in
Assura and simulation in Spectre requires a couple of minutes.

B. Example 2. Coplanar Waveguide Over Nonepitaxial
Silicon Substrate

The second structure we consider is a coplanar waveguide
structure running over a silicon substrate as shown in Fig. 13,
where m, m, m,

m, m, m, and m. In this case,
the ground plane of Example 1 is replaced by straps connecting
the two ground lines together every 500 m. The substrate is a
“nonepitaxial” substrate with a 0.1- field implant 0.7- m
-thick on a bulk 20- wafer.6 The substrate is plugged (or
tapped) every 500 m from both ground lines. is chosen
as 20 GHz for the Assura RCX-PL extraction.

6This is characteristic of the nonepitaxial substrates used in TSMC’s 0.25-�m
process.
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Fig. 16. Extracted resistance and inductance per unit length for Example 2.

The and values for Example 2 are shown in Fig. 16.
HFSS indicates the HFSS result. “RL w/o ladder” is the return-
limited Assura RCX-PL result without consideration of power-
ground losses.7 “RL w/ ladder” is the return-limited Assura
RCX-PL result with consideration of power-ground losses. “RL
w/ ladder, skin effect” is the return-limited Assura RCX-PL re-
sult with consideration of power-ground losses and the prox-
imity and skin effects. In this case, because the substrate is very
resistive and distant, the substrate corrections are negligible. As
in Example 1, the results show steadily better agreement with
HFSS as loss mechanisms are added to the extraction.

There is an essential consistency between modeling the ca-
pacitances to the substrate and power-ground grid as capaci-
tances to ground and the magnetostatic assumptions manifest in
the shunt connections in Fig. 1(b) (for power-ground line mod-
eling) and ignoring the last term in (9) (for magnetostatic sub-
strate modeling). To illustrate the importance of this consistency
to the accuracy of the extraction, we have added an additional
analysis in Fig. 16 labeled “PEEC.” In this case, we model the
ground lines explicitly; that is, we have an explicit RLC model
of the ground line included in the extraction. However, we con-
tinue to model the substrate as an “ideal” ground; that is, capaci-
tances to the substrate are capacitances to ground. The resulting
network is wildly inaccurate because the displacement currents
flowing into the substrate are actually being collected by plugs
and contribute to the return currents flowing in the ground lines.
By not allowing these currents to flow into the power-ground

7Both the resistance and inductance should be frequency-independent in this
case. The slight frequency dependence observed for this curve is an artifact of
the fitting procedure to the simulated S-parameter data.

lines, we have “starved” these lines of return current, resulting
in a very inaccurate extraction result.

C. Example 3. Coplanar Waveguide Over Epitaxial Silicon
Substrate

The third example is also a coplanar waveguide structure run-
ning over a silicon substrate as shown in Fig. 13, where

m, m, m, m,
m, m, and m. This is typical of the

bottom two metal layers in a TSMC 0.25 m process. In addi-
tion to placing the signal line closer to the substrate, the ground
lines have also been pulled further away to accentuate substrate
effects. The ground lines are neither equal width nor equidistant
from the signal lines, given an additional proximity-effect fre-
quency dependence to the resistance and inductance. The sub-
strate is an epitaxial substrate modeled as three layers. The top
layer is 1 m-thick with 2 cm resistivity; the second layer
is 10 m-thick with 15- resistivity; the third layer is a
bulk with 1-m cm resistivity. The ground lines are strapped
every 500 m and the substrate is plugged from both ground
lines every 500 m. is chosen as 20 GHz for the Assura
RCX-PL extraction.

Once again, Fig. 17 compares and from 50 MHz to
20 GHz. HFSS gives the HFSS result. “RL w/o ladder” gives the
Assura RCX-PL result without any consideration of substrate or
power-ground losses. “RL w/ ladder, skin effect” includes the
power-ground losses and the skin and proximity effects but no
effects from the substrate. “RL w/ ladder, skin, substrate” in-
cludes substrate loss as well as power-ground loss and the prox-
imity and skin effects. In this case, the substrate correction pro-
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Fig. 17. Extracted resistance and inductance per unit length for Example 3.

vides an important component to the loss and an important cor-
rection to the high-frequency inductance.

D. Example 4. Large Testcase to Consider Runtime
Performance and Number of Extracted Elements

We also present results on a large testcase to consider the
extraction runtime performance and complexity of the extracted
netlists. The design is a high-frequency processor core with an
area of approximately 15 mm in a 0.18- m, five-level-metal
process. is chosen as 20 GHz for this run, which is also
used for inductance and ladder network filtering as described
in Section IV. Runtime statistics were gathered for a run which
considers losses in the power-ground network but ignores
volume filament modeling in the conductors or substrate losses.
These higher accuracy options still result in prohibitively
high runtimes for full-chip analysis and can currently only be
employed for small problem sizes. Runtime statistics are for a
Sunfire 880 (750 MHz). Peak memory usage is approximately
500 MB in regcal. As shown in Table I, full-chip inductance
extraction does add considerably to the runtime of the full-chip
extraction but is still reasonable for the design size. With the
extensive “blocking” mechanisms in the halo rules, there was
a concern that on “real” designs, the interaction regions could
grow quite large, significantly slowing down the regcal module
(which contains a matrix factorization whose size is based on
the number of segments in the interaction region). However,
this has not proved to be the case. In this example, the largest
number of signal rectangles in an interaction region (based on
rex fracturing) is 1146.

TABLE I
STATISTICS FOR “LARGE” TESTCASE

VII. CONCLUSION

In this paper, we report the development of a full-chip, 3-D,
shapes-based, RLC extraction tool. The technique of return-lim-
ited inductances is used to provide a sparse, frequency-indepen-
dent inductance and resistance network with self-inductances
that represent sensible “nominal” values in the absence of mu-
tual coupling. Mutual inductances are extracted for accurate
crosstalk analysis. The tool exploits high-capacity scan-band
techniques and disk caching. Accuracy is validated by compar-
ison with full-wave finite-element field solvers.
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